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ABSTRACT A novel ultra-low-power readout circuit for a 
pH-sensitive ion-sensitive field-effect transistor (ISFET) is 
proposed. It uses an ISFET/reference FET (REFET) 
differential pair operating in weak-inversion and a simple 
current-mode metal-oxide semiconductor FET (MOSFET) 
translinear circuit. Simulation results verify that the circuit 
operates with excellent common-mode rejection ability and 
good linearity for a single pH range from 4 to 10, while only  
4 nA is drawn from a single 1 V supply voltage. 

Keywords  ISFET, CMOS, low power, weak inversion. 

I. Introduction 

The recent success of ion-sensitive field-effect transistor 
(ISFET) fabrication in a standard CMOS process  [1] has 
triggered a vast research effort toward the integration of 
ISFET-based chemical and biochemical sensors and CMOS 
signal processing circuitry in a single chip  [2]. More recently, 
the subthreshold region has been demonstrated to exist in 
CMOS-compatible ISFET, and it has been exploited together 
with the translinear principle of weak-inversion metal-oxide 
semiconductor FETs (MOSFETs) to realize an ultra-low-
power current-mode readout circuit  [3]. Such a single-chip 
“smart sensor” with extremely low power consumption holds 
great potential for real-time biochemical sensing for 
implantable biomedical systems. In this letter, a novel ultra-
low-power differential readout circuit for pH-sensitive ISFET 
is proposed. 

                                                               
Manuscript received Nov. 17, 2008; revised Feb. 2, 2009; accepted Feb. 18, 2009. 
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II. Proposed ISFET/REFET Readout Circuit 

Figure 1 shows the schematic diagram of the proposed ultra-
low-power differential readout circuit. An ion-insensitive FET, 
also known as a reference FET (REFET), is used together with 
an ISFET to realize a source-coupled differential pair with a 
shared quasi-reference metal electrode as their gate connected 
to a stable DC reference voltage (VREF). This suppresses the 
output current variation due to common-mode disturbances in 
the electrode potential and permits the use of a solid-state quasi 
-reference electrode. All MOSFETs, the ISFET, and the 
REFET operate in the saturated weak-inversion region (that is, 
VGS<VTH and VDS>4UT) with identical DC bias current (IO). The  

 

Fig. 1. Proposed differential ISFET/REFET readout circuit. 
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drain currents of the subthreshold ISFET [2] and REFET 
differential pair can be derived in (1) and (2), respectively, 
where IO is the quiescent drain current of the ISFET and 
REFET at the reference pH of 7,  is a dimensionless 
sensitivity parameter of the ISFET [2], UT=kT/q is the thermal 
voltage, n is the subthreshold slope parameter, and pH is the 
differential pH variation. Therefore, iD, ISFET equals 2IO and   
iD, REFET is zero for a large negative pH, and vice versa for a 
large positive pH. This is similar to the operation of a 
conventional MOSFET differential pair. 

T T

T T

2.3

D,ISFET O 2.3

e2 I ,
1 e

U pH nU

U pH nU
i           (1) 

T T
D,REFET O D,ISFET O 2.3

1= 2 I = 2I .
1 e U pH nU

i i     (2) 

Applying the translinear principle to M1 to M4, the output 
current iOUT can be calculated as in (3). The current iOUT can 
also be rewritten as (4) and (5) since pH = –log10 [H+], 
where [H+] is the differential change in hydrogen ion 
concentration. Since 0< <1 and n>1, the index ( /n) is always 
between 0 and 1. Therefore, if a linear relationship between 
iOUT and [H+] is desired, iOUT can be applied to an appropriate 
translinear circuit as in [2]. 

T T2.3D,ISFET OD1 D 2
OUT O

D3 D,REFET

× I×= = = I e ,U pH nUii ii
i i

   (3) 

OUT O= I H ,
n

i                (4) 

10 OUT 10 Olog = log I .i pH
n

            (5) 

Assuming that all devices are in close proximity and 
thermally matched, the ratiometric relationship of the 
translinear principle reduces the temperature dependence of the 
circuit, and together with the ISFET/REFET differential 
topology, the body effects of MOSFETs, ISFET, and REFET 
can easily be shown to cancel out, at least in theory [3]. A 
temperature-independent current source IO can be provided by 
a bandgap voltage reference generator, and assuming that  
and n are temperature-independent parameters to a first-order 
approximation, iOUT is inherently temperature insensitive. 

III. Simulation Results 

The proposed ISFET readout circuit was designed to operate 
with a single 1 V power supply voltage. The ISFET and 
REFET were modeled with the behavioral macromodel 
described in [4], and the circuit was simulated with Cadence  

Fig. 2. Simulated iOUT vs. pH at different values of VREF.
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Fig. 3. Simulated transient response due to changes in pH. 
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and component parameters from a 0.35 m CMOS technology. 
All MOSFETs have the aspect ratio of 5 m/2 m, while the 
ISFET and REFET have a large aspect ratio of 100 m/10 m 
for good matching. Both DC current sources were realized 
with simple current mirrors with large channel length for good 
accuracy and large output resistance. The index /n is around 
0.7, IO is 1 nA, and VREF is 200 mV. All bias currents and 
voltages were chosen to center the circuit operation on the 
reference pH of 7. The circuit dissipates 4 nW. 

Figure 2 plots the simulated iOUT against the pH value at 
various VREF values. At the nominal VREF of 200 mV, a good 
linearity is obtained for the pH range of 4 to 10. This is limited 
by the weak-inversion operating range of the ISFET [2], which 
spans about 3 to 5 decades of drain current. Figure 2 shows that 
a large voltage variation of over 200 mV (100% fluctuation) in 
VREF has virtually no effect in iOUT in the pH range of 5 to 9. 
However, at lower and higher pH values, evident fluctuations 
in iOUT were observed because the ISFET/REFET differential 
pair saturated with either iD, ISFET or iD, REFET was practically zero.  

To test the common-mode signal rejection ability of the 
circuit, a 20 mV and 50 Hz disturbance voltage was added to 
the common reference electrode VREF, while the input pH value 
was ramped up and down between 4 and 10 within 1 second. 
Figure 3 plots a transient response of iD, ISFET, iD, REFET, and iOUT. 
All signal currents are virtually free of common-mode 
disturbance except for the regions where the pH is either less  
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Fig. 4. Simulated iOUT with and without the tail current source.
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than 5 or more than 9. The noticeable disturbance in the low 
and high pH values is due to the saturation of the 
ISFET/REFET differential. Figure 4 plots the transient 
response of iOUT of the circuit with and without the tail current 
source at pH = 7 when a common-mode disturbance of 20 mV 
at 50 Hz was applied to the reference electrode. With the tail 
current source, iOUT was virtually constant, while a variation of 
around 10 pA (i.e. 1% of IO) was shown when the tail current 
source was omitted. Figures 3 and 4 clearly demonstrate the 
superior common-mode rejection ability of the proposed circuit. 

IV. Conclusion 

A simple ultra-low-power readout circuit for pH-sensitive 
ISFET was presented. The circuit employs an ISFET/REFET 
differential pair operating in weak-inversion and a simple 
current-mode translinear circuit to achieve good linearity, 
excellent suppression of common-mode disturbance in the 
reference electrode, and compensation of the body effects. The 
proposed circuit was demonstrated to be an attractive candidate 
for signal processing front-end of a real-time implanted 
biochemical sensing system. 
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This paper describes the design and implementation of an RF CMOS quadrature LC voltage-
controlled oscillator in a 0:35�m technology. The proposed oscillator employs the switched tail

transistor topology and di®erential switch capacitor tuning to achieve low phase noise oper-

ation. A modi¯ed series coupling mechanism is used for quadrature signal generation with wide
output signal swing. The oscillator core circuit was designed to operate with a 2.5V power

supply voltage with a 4mA total supply current. Measurement results showed that the pro-

totype oscillator could achieve a nominal oscillation frequency of 2.2GHz with �110 dBc/Hz

phase noise at 1MHz o®set frequency.

Keywords: CMOS oscillator; voltage-controlled oscillator; quadrature; phase noise.

1. Introduction

Quadrature voltage-controlled oscillator (QVCO), used for I/Q modulation and

demodulation, is one of the most vital building blocks in modern digital RF trans-

ceivers. There is a number of challenging design issues involved in realizing a GHz-

range QVCO, including low phase noise, wide tuning range, low power dissipation

and su±cient phase accuracy. High phase noise is mainly caused by the poor quality

factor of on-chip inductor in CMOS process and the °icker noise from the tail

transistors. Improving the phase noise performance has been achieved by attacking

the two abovementioned root causes. The quality of integrated inductor has been

enhanced by using special layout and fabrication techniques, e.g., in Ref. 1.

Reduction of the °icker noise originated from the tail transistor has been achieved by

using resistor biasing2 and switched tail transistor biasing3 techniques.

*This paper was recommended by Regional Editor Krishna Shenai.
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This paper presents the design and experimental implementation of an RF CMOS

quadrature LC voltage-controlled oscillator based on the switched tail transistor

biasing, which has been coined by the authors in Ref. 3 as the \memory-reduced tail

transistor" topology. The rest of the paper is organized as follows. Section 2 describes

the circuit design and realization of the proposed QVCO. Experimental results

of the prototype circuit and conclusion of the paper are given in Secs. 3 and 4,

respectively.

2. Circuit Design and Realization

Figure 1 shows the simpli¯ed circuit diagram of the proposed quadrature LC voltage-

controlled oscillator. The circuit is realized based on the so-called \memory-reduced

tail transistor" topology,3 to reduce the close-in phase noise due to the °icker noise

originated by the tail transistors. The switched biasing is realized by NMOS tran-

sistors M 5�M 8, which force a trap and release captured electrons, rendering the

transistors to be memory-less.3 The cross-coupled transistors M 1�M 4 form

the required negative resistance for sustainable oscillation. Since all transistors are

switched biasing, the circuit is expected to have lower °icker noise.3

Quadrature signal generation is achieved by using anti-phase coupling of two

identical di®erential oscillators. This can be obtained by using either parallel-coupled4

or series-coupled transistors.5 In this work, a modi¯ed series-coupled topology6 is used

L
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Fig. 1. Schematic diagram of the proposed quadrature VCO.
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to avoid center-tapped inductor and to achieve large oscillation amplitude. PMOS

transistors M 9�M 12 are used to perform the coupling mechanism.

The inductors were selected from the 3-metal spiral inductor library o®ered by the

process design kit used in this work. The inductor value was chosen to be 1.92 nH

with a Q-value of 4.9 at 2GHz frequency. Using thick-metal inductors would provide

higher Q-value, and thus a better phase noise performance. Varactor capacitor

(Cvar) and a binary weighted array of switched capacitors (Cbank) are used to

resonate with the inductors and achieve frequency tuning. Switched tuning of the

array capacitor Cbank allows a wider frequency tuning range than that of the con-

tinuous tuning alone. Capacitance tuning of Cbank is performed by a digital control

word with a di®erential switching tuning technique,7 as depicted in Fig. 2, in order to

achieve higher quality factor.

Varactor capacitors (Cvar), realized by PMOS transistors operating in the

accumulation region, are used to provide wide tuning range and su±ciently high

quality factor. The gate length of PMOS transistors was chosen to optimize the

frequency tuning range and the quality factor. Small gate length increases the quality

factor by reducing n-well series resistance; however the tuning range is decreased

due to the increased ratio of ¯xed overlap capacitance to variable capacitance. The

maximum and minimum values of Cvar are 370 fF and 102 fF, respectively, yielding

the ratio Cmax/Cmin of 3.6.

Layout of the oscillator was performed very carefully in order to minimize

parasitic e®ects and post-layout simulations with extracted netlist and pad/package

parasitics were performed to ensure robust circuit performance. Overall circuit

°oorplan and layout were drawn symmetrically to achieve the best matching and

minimize the output phase error. Cvar and Cbank were laid out with share source/

drain area to minimize the ¯xed parasitic capacitance. Figure 3 shows the die

photograph of the prototype QVCO.

20kW 20kW

to resonance tank

bi

20/0.35
ng=1

17/2
ng=2

17/2
ng=2

Fig. 2. Implementation of the di®erential switch tuning of Cbank.
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Fig. 3. Die photograph of the oscillator.

Fig. 4. Measured output spectrum of the VCO at 2.2GHz.
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3. Experimental Results

The oscillator was simulated and fabricated with a 0:35�m 2-poly 3-metal CMOS

technology. The circuit was designed to operate with a single 2.5V supply voltage.

The oscillation frequency was designed to be in the range of 2.0�2.2GHz. The total

power dissipation for the oscillator core circuit is 10mW and the output bu®er

consumes about 100mW. The total die area is 450� 680mm2.

All measurements of the oscillator performance were carried out with PLCC-

packaged chips mounted on an FR-4 test board. The measured output frequency

spectrum at 2.2GHz is shown in Fig. 4. The measured phase noise is shown in Fig. 5.

Fig. 5. Measured phase noise at 2.2GHz oscillation frequency.

Fig. 6. Frequency tuning characteristics.
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At 100 kHz and 1MHz frequency o®sets, the measured phase noise values were

�87 dBc/Hz and �110 dBc/Hz, respectively. The frequency tuning characteristic, in

the linear region, is shown in Fig. 6. The calculated frequency tuning sensitivity is

about 120MHz/V for each continuous tuning. The measured performance of the

prototype QVCO is summarized in Table 1. The calculated ¯gure of merit (FoM)8 is

equal to 167 dB.

4. Conclusion

This paper has presented the experimental implementation of a GHz-range CMOS

quadrature LC voltage controlled oscillator in a standard 0:35�m CMOS process.

The prototype QVCO achieved 2.0�2.2GHz oscillation frequency with 4mA current

drawn from a 2.5V supply voltage. The measured phase noise of a 2GHz carrier

signal is �110 dBc/Hz at 1MHz o®set frequency. Therefore a low phase noise

QVCO using the switched tail transistor biasing topology has been successfully

demonstrated.
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This paper describes the design and implementation of a low-power wide dynamic range radio-
frequency (RF) power detector in a standard 0.18-μm CMOS process. The proposed circuit includes 
a root-mean-square (RMS) power detector and a logarithmic amplifier. The RMS power detector 
exploits the non-linear characteristic of MOSFET to realize the RMS conversion. A current-mirror 
active load is used in the RMS power detector to increase the RMS conversion gain. Since the output 
of the RMS power detector is a DC voltage, the following logarithmic amplifier does not require 
wide operating bandwidth, thus allowing simple circuit realization with minimum power dissipation. 
Simple differential amplifier is used to realize the limiting gain stage. Post-layout simulation results 
showed that the proposed circuit was able to detect input power from -70 dBm to -20 dBm with 
signal frequencies ranging from 0.5 GHz to 5 GHz, while dissipating only 0.9 mW under a 1.8-V 
power supply voltage. 

Keywords: Low-power, RF power detector, Limiting amplifier, Logarithmic amplifier, RMS power 
detector. 

1.   Introduction 

Power detection of radio frequency (RF) signals is required in many applications, 
ranging from wireless communication systems [1], [2] to integrated circuits test and 
measurement [3], [4]. In wireless communication systems, RF power detector is 
usually employed in a control loop in order to optimize power consumption, improve 
linearity of the power amplifier, or the control the gain of the transmitting and 
receiving chain.  
 
The power level of a RF signal can be computed by using either the peak or root-
mean-square (RMS) values. Peak detection is suitable for constant-envelope or low 
peak-to-average ratio modulated signals, however RMS detection is preferred for 
high peak-to-average ratio modulated signals due to better accuracy. Detection of the 
RMS value of a signal can be obtained by employing one of the following 
approaches: thermoelectric devices [5], the non-linear characteristics of diode [6] or 
bipolar junction transistor (BJT) [7] or metal-oxide-semiconductor field-effect 
transistor (MOSFET) [1], [8], [9], or current-mode computational circuits [3], [10], 
[11]. 
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The thermal-based detection is suitable for measurement equipments because of its 
wide operating bandwidth and high accuracy. However, the implementation of a 
thermoelectric power sensor in CMOS technology requires additional post-
processing steps, which are complicated and expensive [5]. 
 
The diode-based detectors use the non-linear characteristic of the diode to rectify the 
input signal and create a DC output signal level proportional to the input amplitude. 
For RF signals, Schottky diodes [6] and BJTs [7] can be used to realize the diode-
based detector. However, Schottky diodes and BJTs are not available in standard 
CMOS processes thus are unsuitable for low-cost implementation. 
 
Current-mode computational circuits, including squarer, divider and filter, can be 
used to realize a RMS detector. These current-mode circuits can be realized by using 
transconductors [3], [10] or translinear circuits [11]. Power detectors based on the 
translinear principle exploit the exponential characteristic of BJT or subthreshold 
MOSFET to realize the mathematical functions required for RMS conversion [11]. 
Translinear-based power detector for RF signals has been demonstrated in [11], 
however the achievable bandwidth is relatively limited with respect to the other 
approaches.  
 
Alternatively, RF power detector can be implemented by exploiting the non-linear 
characteristics of MOSFETs [1], [8], [9]. In [9], the non-linearity of channel 
resistance of MOSFET operating in deep triode region was exploited to produce a 
DC current proportional to the amplitude of an input RF voltage signal at the drain of 
the transistor. However, the proposed technique in [9] is based on the use of resonant 
cavity to generate the drain voltage variation, thus is not suitable for CMOS 
integration. The need for the resonant cavity can be alleviated by applying an input 
RF signal directly to the drain terminal of a triode MOSFET and using a 
transimpedance amplifier to convert the output current to voltage [2], [12]. The 
circuit in [2] achieved a 20-dB input dynamic range with 3.1 GHz to 10.6 GHz 
operating bandwidth, while dissipating 10.8 mW from a 1.8-V power supply voltage. 
 
In [1], the non-linear square-law characteristic of MOSFET operating in the saturation 
region was utilized to realize a RMS power detector. The basic principle, originally 
reported in [8], is to exploit the differential output current of a MOSFET source-coupled 
differential pair which is proportional to the square of the input RF voltage signal 
amplitude at the gate terminal. The experimental RF power detector in [1] exhibits very 
wide operating bandwidth; however the input power detectable dynamic range and the 
minimum detectable input power are limited to 20 dB and -35 dBm, respectively. The 
dynamic range and sensitivity is limited due to the use of a subthreshold MOSFET to 
generate an exponential output current within the logarithmic amplifier. Since the 
exponential law of a subthreshold MOSFET is valid for the drain current range of about 
2-3 decades, this leads to the limited dynamic range of the power detector. 
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In this paper, the RMS power detector in [1] is modified and improved further to increase 
the conversion gain and dynamic range. The conversion gain is enlarged by increasing 
the output resistance of the RMS power detector. The dynamic range is increased by 
using a successive-approximation logarithmic amplifier. The RF power detector is 
targeted to be employed in a microwave-based fruit maturity detection system [13], 
which exploits the reflection of microwave signal to determine the permittivity of the 
fruit-under-test and relates it to the maturity of the fruit. The system is intended to be 
deployed a wireless sensor network for fruit farming and the device must be able to 
operate for months without battery replacement, therefore requiring low power 
consumption. The RF signal power reflected from the fruit is usually small and in the 
order of -50 dBm to -60 dBm, therefore requiring high sensitivity and wide dynamic 
range of the power detector. The proposed RF power detector is designed and simulated 
by using process parameters from a standard 0.18-μm CMOS technology. The paper is 
organized as follows. Section 2 describes the architecture of the proposed RF power 
detector. Detailed circuit designs are described in Section 3. Simulation results and 
conclusion are given in Sections 4 and 5, respectively. 

2.   Architecture of the proposed RF power detector 

Fig. 1 shows the architecture of the proposed RF power detector. It consists of a 
RMS power detector and a logarithmic amplifier. The input RF voltage signal is 
converted to a DC output voltage, which represents the RMS value of the input 
signal power, by exploiting the non-linearity of MOSFETs [1]. To achieve a linear-in-
dB input-output characteristic, the DC output voltage is further amplified by a 
successive-approximation logarithmic amplifier, which is realized by cascading 
seven current limiting amplifiers. The cascaded limiting amplifiers produce a linear-
in-dB output characteristic by using a piecewise linear approximation. All limiting 
amplifier stages are identical except for the first stage, which includes an extra input 
pair for DC offset cancellation. Each limiting amplifier produces both differential 
output voltage and current. The output voltage is passed to the following amplifying 
stage. The output currents of all limiting stages are summed and applied to a load 
resistor to produce the output voltage of the power detector. Since the input signal of 
the logarithmic amplifier is a DC voltage, the envelope detector or rectifier is not 
needed. This saves chip area and power dissipation. The resistor RF and capacitor CF 
realize a lowpass filter to perform DC offset cancellation feedback. The resistor RF is 
realized by using a subthreshold MOSFET in order to obtain large resistance with 
minimum die area. The dynamic range and linearity error of the RF power detector 
are determined by the number of cascading limiting amplifier stages. Increasing the 
number of amplifying stages will improve the sensitivity and dynamic range of the 
detector, at the expense of increased power dissipation. In this paper, using seven 
stages of amplifiers was found to be an optimum solution, in terms of power 
dissipation, dynamic range and sensitivity of the power detector. 
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Fig. 1.  Architecture of the proposed RF power detector. 

 

 

Fig. 2.  The proposed RMS power detector. 

 

3.   Circuit Description and Analysis 

3.1.   RMS Power Detector 

Fig. 2 shows the RMS power detector realized by exploiting the square-law characteristic 
of MOSFET operating in the saturation region. The circuit is a modified version of the 
recently proposed RF power detector [1], in order to achieve higher conversion gain and 
sensitivity. The input RF signal is applied to transistor M1, via an AC-coupling capacitor 
CC. The transistors M1 and M2 are identical and operate in the saturation region with 
identical gate bias voltages. Transistor M2 is used to reduce offset errors due to process, 
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temperature and supply voltage variations. Thus the drain currents of M1 and M2 can be 
expressed as in (1) and (2), where βi = μnCox(W/L)i is the MOSFET transconductance 
parameter, μn is the electron mobility, Cox is the gate oxide capacitance per unit area, VT 
is the threshold voltage, W and L are the channel width and length of transistors, 
respectively. 
 

( )21
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Assuming that VRF = Vi cos(ωt), the output voltages V1 and V2 are given by (3) and (4), 
respectively. The small-signal output resistance (rout) of the circuit is equal to rds2//rds4, 
where rdsi is the drain-source resistance of Mi. 
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The capacitors C1 and C2 form lowpass filters to filter out the RF signal and its 
harmonics. Since the circuit is fully-symmetrical, the DC voltage at V2 (V2,DC) is equal to 
the filtered voltage at V1. Therefore the differential output voltage can be written as in 
(5), which is proportional to the square of the amplitude of the input RF signal. 
 

21
12 4 iout VrVV

β
=−  (5) 

 
The simulated input-output characteristic of the proposed RMS power detector is 
demonstrated in Fig. 3, where the differential output voltage is plotted against the input 
signal power at 5 GHz. For comparison, the circuit in [1] was designed and simulated 
under the same circuit parameters and operating conditions and the results were plotted in 
Fig. 3. It can be seen that the proposed RMS power detector can achieve higher 
conversion gain due to larger output resistance. This improves the sensitivity of the 
power detector and eases the design of the following logarithmic amplifier. Furthermore, 
the proposed circuit has better linearity and wider input detectable range (i.e. -60 dBm to 
-10 dBm). Note that, the circuit can still detect the input signal power with the presence 
of offset errors and short-channel effects of MOSFETs, as explained in [1]. 
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Fig. 4. Limiting amplifier stage. 

 

Fig. 5. Process, voltage, temperature insensitive current reference. 

4.   Simulation results 

The proposed RF power detector was designed and simulated by using Cadence Spectre 
with process parameters from a standard 0.18-μm CMOS technology. The circuit was 
designed to operate with a single 1.8-V power supply voltage and the total power 
dissipation is 0.9 mW. The key parameters of the circuits are summarized in Table I. For 
the circuit in Fig. 2, the filtering capacitors (C1 and C2) are 100 fF, the AC-coupling 
capacitor (CC) is 1 pF and the gate biasing resistor (RG) is 1 kΩ. 
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Fig. 6 plots the differential output voltage (V1-V2) of the RF-to-DC converter in Fig. 2 
against the input RF signal power at different input frequencies. The output voltage of 10 
μV (-50 dBV) is generated with the input signal power of -65 dBm. The maximum output 
voltage of around 1 V (0 dBV) is generated when the input power is about -10 dBm. 
Therefore the input dynamic range is about -65 dBm to -10 dBm. Simulation results 
suggested that the circuit was able to detect the input power for frequencies up to 5 GHz. 
 
Fig. 7 shows the simulated transient output voltage of the power detector when applying 
different input powers of 2.5-GHz signal. The input signal power was swept from -80 to 
0 dBm. The output voltage is plotted against the input signal power in Fig. 8. The output 
voltage range is roughly 0.4 V to 1.2 V and the input detectable range is approximately -
70 dBm to -20 dBm.  
 
To verify the operation of the DC offset cancellation feedback, a DC input offset voltage 
source was added to the input of the first amplifier stage. A 2.5-GHz input RF voltage 
was applied to the power detector and the offset voltage was varied from 0 to 100 mV. 
The simulated transient output voltage were obtained and plotted in Figs. 9(a)-(b). It can 
be seen from Fig. 9(a) that the offset voltage only changes the output voltage level 
slightly and the circuit can still function correctly. Fig. 9(b) plots the output voltage 
variation as a function of the offset voltage when the input power is -50 dBm.  
 
Fig. 10 shows the layout of the RF power detector. The total die area is 60x130 μm2. 
Figs. 11(a)-(c) show the post-layout simulation results of the RF power detector under 
standard process, voltage and temperature variations. It is verified that the circuit can 
operate correctly. The post-layout simulated performance of the proposed RF power 
detector is summarized and compared with those of other reported detectors in Table II. It 
can be seen that the proposed circuit exhibits wide operating frequency, the largest input 
power detectable range and the best input sensitivity, with reasonably low power 
consumption.  

5.   Conclusion 

A low-power wide dynamic range RF power detector has been described in this paper. 
The proposed circuit comprises a wideband RMS power detector and a successive 
logarithmic amplifier. The RMS power detector exploits the non-linear characteristic of 
MOSFET operating in the saturation region with an active load to achieve high RMS 
conversion gain with minimum power dissipation. The design of the logarithmic 
amplifier was simplified because wide operating bandwidth and the rectifier/filter circuit 
are not needed. Post-layout simulation results, in a 0.18-μm CMOS process, verified that 
the circuit was able to detect input power from -70 dBm to -20 dBm with signal 
frequencies ranging from 0.5 GHz to 5 GHz, while dissipating only 0.9 mW. Therefore 
the authors believe that the proposed RF power detector is suitable for wireless sensor 
network and telemetry applications. 
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Fig. 9 Effect of the input offset voltage. 

 

 

 

Table I Circuit Parameters 
Circuits Transistors W/L (μm/μm) 
Fig. 2 M1, M2 2.5 /0.18 

M3, M4 0.24 /0.2 
Fig. 4 M1, M2 2.5 /0.18 

M1f, M2f 2.5 /0.18 
M3, M4 0.48 /0.2 
M5, M6 0.24 /0.2 

Fig. 5 M1, M3 0.4 /0.5 
M2 0.4 /10 
M4, M7, M8 4 /2 
M5 43.5 /0.6 
M6 2.4 /0.6 
M9, M10, M11, M12, M13 5 /5 
M14, M15 60 /5 
M16 10 /5 
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Table II
Parameters 
CMOS Technology 
Area (mm2) 
Conversion gain (mV/dB) 
Dynamic range (dB) 
Minimum detectable signal 

Operating frequency range (
Supply voltage (V) 
Power dissipation (mW)  

 

 

10 Layout of the proposed RF power detector. 
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Abstract— This paper describes the design and realization of a 
low power current-mode logarithmic pipeline analog-to-digital 
converter in 0.35 m CMOS technology. The ADC is intended 
for conversion of sub-microampere analog output current of an 
ISFET based pH sensor. Subthreshold MOSFETs and the 
Translinear principle are exploited to achieve simple and low-
power ADC realization. The ADC was simulated with a 1-V 
power supply voltage and dissipated 3.3 W static power at 1-
kHz clock frequency.  
 
Keywords: low power, logarithmic, analog-to-digital 
converter, pipeline, weak inversion. 

I. INTRODUCTION 

Logarithmic analog-to-digital converters (ADCs) are 
usually employed to perform non-linear signal compression 
and conversion for an optimum system signal-to-noise ratio 
over a large input dynamic range. Logarithmic ADCs can be 
realized with an analog logarithmic converter, which exploits 
the inherent exponential i-v characteristic of a bipolar-
junction transistor [1] or a diode [2], and a linear ADC. 
Alternative implementations of logarithmic ADCs, in CMOS 
technology, using pipeline, algorithmic, and two-step flash 
structures have been proposed by performing signal operation 
in the logarithmic domain [3], [4]. Recently, a simple 
logarithmic and -law ADC has been proposed by using 
current-mode techniques [5]. 

This paper proposes the design and realization of a low-
power current-mode logarithmic pipeline ADC suitable for 
sensor and biomedical applications. The proposed ADC is 
intended to be used with the weak-inversion ISFETs pH 
sensor readout circuits [6]-[7], where the output current is 
exponentially related to the detected pH changes. A 
logarithmic ADC provides analog-to-digital conversion and 
achieves a linear relationship between the input pH changes 
and the digital output codes. This paper is organized as 
follows. Section 2 describes the operation of the logarithmic 
ADC. Section 3 describes the circuit implementation of the 
proposed current-mode logarithmic ADC. Simulation results 
and conclusion are given in sections 4 and 5, respectively. 

II. LOGARITHMIC PIPELINE ADC 

A conceptual block diagram of a logarithmic pipeline ADC 
is shown in Fig. 1. In each stage of a linear pipeline ADC, the 
input signal is first compared with a reference signal. 
Depending on the comparator output, the input signal is either 
subtracted, or not, with the reference signal and the 
subtraction output is multiplied by two before proceeding to 
the next stage. Comparing to its linear counterpart, a 
logarithmic pipeline ADC performs all signal operations in 
the logarithmic domain. In a logarithmic pipeline ADC, the 
subtraction is replaced by a division (i.e. scaling) and the 
multiplication-by-two is replaced by a squaring. 

In this work, a current-mode logarithmic pipeline ADC has 
been designed in order to obtain an 8-bit digital representation 
of the output current from the ISFET readout circuit [6]. The 
operation of the ADC can be described by (1) where the input 
current iIN is represented as an exponential function of the 
output digital word D, N is the conversion resolution, and 
iINmax is the full-scale input current. In this work, N and iInmax 
are equal to 8 and 100 nA, respectively. 

 
maxln( )

2
IN

N

i
D

INi e
(1) 

 

 

Fig. 1. Block diagram of the logarithmic pipeline ADC. 
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Fig. 2. Schematic circuit diagram of the current-mode logarithmic pipeline ADC. 

The reference current (IREF) for each stage of the ADC 
corresponds to the midpoint of the input range in the 
logarithmic scale, which is equal to the digital output code of 
128 for 8-bit resolution. In this case, IREF is equal to 10 nA 
as calculated in (2) 

 
ln(100)128

256
REFI e = 10 nA                      

 
In each stage of the ADC, the stage input current is 

compared with IREF to produce the digital output bit. If the 
stage input current is less than IREF, then the stage digital 
output is 0 and the input current is passed to the squarer. If the 
stage input current is greater than IREF, then the stage digital 
output is 1 and the input current is divided by IREF (i.e. 
scaling) and the resultant current applying to the squarer. In 
this work, the resultant current applied to the next stage is 
equal to the input current scaled by a factor of 0.1. Similar to 
the conventional linear pipeline ADC, the digital output bit of 

each stage is appropriately delayed for a correct digital output 
representation. 

III. CIRCUIT IMPLEMENTATION 

Fig. 2 shows the simplified schematic circuit diagram of 
the current-mode logarithmic pipeline ADC. Transistors M1-
M8, switches MS1-MS2, and capacitors CSH1-CSH2 deliver the 
sampled input current signal to the first stage of the ADC. 
Switches MS1-MS2 are controlled by non-overlapping clock 
signals, 1 and 0, respectively. The simplified schematic 
circuit diagram of the bit cell is shown in Fig. 3. All 
transistors operate in the subthreshold region. Transistors M1-
M4 take the input current from the preceding stage and copy it 
to the comparator. The current comparator, realized with a 
simple CMOS inverter (M5-M6), compares the input current 
with the reference current. The stage digital output is taken 
from the comparator output at terminal 3. According to the 
stage digital output, M9 and M11 function as switches that 

(2) 

 
 

 

Fig. 3. Schematic circuit digram of the bit cell of the ADC. 
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Fig. 5. Simulated waveform of the sample and hold input current to 
the first stage of the ADC. 

select the input current scaled by a factor of either 1 or 0.1 to 
the subsequent current squarer. By scaling the channel widths 
of M10 and M12 appropriately, the input current is copied to 
the sources of M9 and M11 by a factor of 1 and 0.1, 
respectively. If the stage digital output is 1, M9 is OFF and 
M11 is ON passing the input current scaled by a factor of 0.1 
to the current squarer. If the stage digital output is 0, M11 is 
OFF and M9 is ON allowing the input current scaled by a 
factor of 1 to the current squarer. The current squarer is 
realized by M15-M18 based upon the translinear principle. It 
can easily be shown that the stage output current at the drain 
of M18 is equal the square of either iIN or 0.1iIN divided a DC 
current I0. The transistor MS1 as a switch controlled by the 
clock signal and the capacitor CC either hold or pass the 
output current of the squarer to the next stage. The accuracy 
of the current mirrors and the current squarer is important to 
the operation of the ADC. Therefore all transistors are 
realized with long channel length. 

 

Fig. 6. Simulated waveform of the ADC digital output bits. 

The final bit cell stage N of the ADC comprises only 
current mirrors and comparator as shown in Fig. 4. 

IV. SIMULATION RESULTS 

The proposed current-mode logarithmic pipeline 8-bit ADC 
was designed to operate with a single 1 V power supply 
voltage. The circuit was simulated by using Cadence Spectre 
with component parameters from a 0.35 m CMOS 
technology. The reference current IREF is 10 nA, I0 is 10 nA, 
CSH1, CSH2, and CC are each 5 pf. The static power 
consumption at full scale input current is 3.3 W. The sizes of 
transistors are summarized in Table 1. A non-overlapping 
clock signal of 1 kHz is used for simulation as the ADC is 
intended the low-frequency ISFET readout signal. An 
exponential decaying input current signal was applied to test 
the ADC. The input current decays exponentially from 100 
nA to 0.7 nA in 180 mS. The simulated sample and hold input 
current applied to the first stage of the ADC is shown in Fig. 
5. The simulated 8-bit digital output of the ADC is shown in 

0
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Fig. 7. Simulated output digital code vs. input current. 

 

Fig. 4. Schematic circuit diagram of the final bit cell stage N 

 
TABLE   I 

SIZES OF TRANSISTORS 
 

 Transistors W( m) L( m) 
M1-MN 100 10 Fig. 2 MS1-MS2 5 0.35 
M1-M4 100 10 
M5,M7 20 10 
M6,M8 10 10 

M9,M11 5 0.35 
M10,M13-M17 100 10 

M12 10 10 
M18 1,000 10 

Fig. 3 

MS1 5 0.35 
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Fig. 6. The simulated output digital code is plotted against the 
input current in Fig. 7 to show the logarithmic relationship of 
the ADC. Fig. 8 and Fig. 9 show the simulated integral non-
linearity (INL) and differential non-linearity (DNL), as 
defined by (3)-(5) [4]. 

 
 

10 1020 ( ( ) ( ))dB ideal measuredINL Log IT Log IT (3) 

( 1) ( )dB dB dBDNL INL i INL i
(4) 

ln(1/ 1)
2N

K n

nIT K e (5) 

 

V. CONCLUSION 

A 8-bit low-power current-mode logarithmic pipeline ADC 
was designed and implemented in a 0.35 m CMOS 
technology. Subthreshold MOSFETs and current-mode 
techniques are exploited to achieve low-power and simple 
circuit realization of the proposed ADC. Simulation results 
verified the ADC operation at 1 kHz clock frequency. The 
ADC is potentially suitable for conversion of sub-
microampere output current from an ISFET based pH sensor. 
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ABSTRACT

In this paper, a new current-starved delay cell with enhanced 
rail-to-rail voltage swing is proposed to improve phase noise 
performance of a CMOS ring oscillator. A 3-stage ring 
oscillator was designed as a test vehicle of the proposed 
delay cell. Simulation results with process parameters from a 
0.18 μm CMOS technology showed that the ring oscillator 
realized with the proposed delay cell exhibited 2-3 dB phase 
noise improvement with no extra power dissipation.

Index Terms—voltage controlled oscillator (VCO), 
starved inverter

1. INTRODUCTION

Voltage-controlled oscillator (VCO) is a critical building 
block in high-speed phase-locked loops used for many 
communication systems. VCO can be implemented by using 
LC resonant circuit, ring structures or relaxation circuit. LC
VCO inherently has the best phase noise performance due to 
high quality factor of the LC resonant circuit. However, 
fully-integrated LC VCO is costly and difficult to implement 
due to the complexity of on-chip inductor realization and its 
frequency tuning range is relatively narrow. In contrast, ring 
oscillator can have wider frequency tuning range and smaller 
die area, at the expense of higher phase noise. Thus ring 
oscillator is often used in applications where phase noise 
requirement is less stringent.

It has been demonstrated that phase noise of a ring 
oscillator can be reduced by either ensuring rising and 
falling edges symmetry or increasing signal swing [1]. A 
practical approach to achieve the waveform symmetry is to 
employ linear loads such as passive resistors or linearized 
MOS active resistors [2]. It has also been analyzed that 
differential ring oscillator will have higher phase noise than 
its singled-end counterpart [3] under identical number of 
stages, power dissipation and oscillator frequency. Single-
ended ring oscillator is not necessarily worse than its fully-

differential counterpart in terms of substrate and supply 
rejection [3]. Thus single-ended ring oscillator is preferred 
in our work.

This paper proposes a new current-starved delay inverter 
with enhanced rail-to-rail voltage swing to reduce phase 
noise of a ring oscillator. Section 2 describes the circuit of 
proposed delay cell and section 3 reports the simulated 
results of a 3-stage CMOS ring oscillator realized with the 
proposed delay cell. Conclusion is given in section 4.

2. PROPOSED CURRENT-STARVED DELAY CELL

The basic current-starved delay cell is shown in Fig. 1(a), 
where transistors M1 and M2 form a CMOS inverter and 
transistors Mn and Mp realize the current-limiting devices. 
Both Mn and Mp can be designed to operate in either the 
saturation or the triode region. If Mn and Mp are biased to 
operate in the saturation region, they act as current sources 
to limit the current available to charge of discharge the 
output capacitor. If Mn and Mp are biased in the triode 
region, they act as voltage-controlled resistor and the 
available charging and discharging currents are decided by 
their gate overdrive voltages and aspect ratios. In this case, 
signal swing is limited by their gate overdrive voltage and it 
can be quite small at high frequencies. Biasing Mn and Mp 
in the saturation region, rather than in the triode region, can 
achieve larger signal swing and better phase noise. In both 
biasing conditions, signal swing of the basic current-starved 
delay is limited by the gate overdrive voltage of the current-
limiting transistors. It has been pointed out in [3] that, for a 
given bias current and oscillation frequency, the phase noise 
can only be reduced by improving the current switching 
efficiency, which can only be achieved by increasing the 
signal swing.

This paper proposes a new current-starved delay cell as 
shown in Fig. 1(c) with enhanced signal swing to improve 
phase noise performance of ring oscillator. The proposed 
circuit is simply the basic current-starved delay cell with two 
additional pull-up and pull-down transistors, Mps and Mns. 



The gates of Mps and Mns are connected to the input of the 
inverter. When Vin is high and the output voltage is being 
pulled down by M1, Mns is turned on to short the source of 
M1 to ground. This eliminates the headroom voltage 
required by Mn. The same explanation can be offered when 
Vin is low and the output voltage is pulled up. Therefore the 
signal swing is enhanced and exhibits a rail-to-rail 
characteristic, similar to a simple CMOS inverter delay cell.

Fig. 1(b) shows a current-starved delay cell with 
symmetric load transistors, M3 and M4, to provide a more 
linear load and achieve better waveform symmetry. Signal 
swing of the circuit in Fig. 1(b) is also somewhat limited by 
the headroom voltages required by M3 and M4.

Fig. 2 shows the simulated time delay of the circuits in 
Fig. 1. It can be seen that the time delay tuning characteristic 
of the proposed delay cell in Fig. 1(c) is relatively more 
linear than those of the circuits in Fig. 1(a) and Fig. 1(b). 
However, the circuit in Fig. 1(a) exhibited the widest time 
delay tuning range.

Fig. 1: (a) Basic current-starved delay cell (b) Current-
starved delay cell with symmetric load and (c) Proposed 
current-starved delay cell with enhanced signal swing.

Fig. 2 Simulated time delay tuning characteristic of the delay 
cells in Fig. 1.(a) ,Fig(b) and Fig(c).

Fig. 3 Three-stage voltage-controlled ring oscillator

3. SIMULATION RESULTS

A 3-stage ring oscillator, shown in Fig. 3, was used as a test 
vehicle to demonstrate the performance of the delay cells in 
Fig. 1. The oscillator circuits were designed to oscillate at a 
nominal center frequency of 2.5 GHz and identical power 
dissipation. All circuits were designed to operate with a 
single 1.8-V power supply voltage and all simulation results 
were obtained by using Cadence Spectre with process 
parameters from a standard 0.18- m CMOS technology. 

Fig. 4 shows the simulated frequency tuning 
characteristics of the oscillators, under the same power 
dissipation. The oscillator with the basic current-starved 
delay cell (Fig. 1(a)) exhibited a frequency tuning range 
from 391 MHz to 3.29 GHz when the control voltage was 
varied from 0.6 V to 1.8 V. The oscillator with the delay cell 
in Fig. 1(b) showed a tuning range from 1.72 GHz to 3.85 
GHz when the control voltage was varied from 0.7 V to 1.8 
V. Using the delay cell in Fig. 1(c), the oscillator showed a 
tuning range from 1 GHz to 3.6 GHz when the control 
voltage was varied from 0.6 V to 1.8 V. It could be seen that 
the oscillator with the basic current-starved delay cell 
exhibited the widest frequency tuning range.

Fig. 5 shows the signal swing of the oscillators when the 
control voltage is varied from 0.7 V to 1.8V (i.e. tuning the 
oscillation frequencies). It can be seen that the signal swing 
of the oscillator using the proposed delay cell in Fig. 1(c)
was virtually constant at 1.7 V while the other oscillators 
showed variable signal swings.

Fig. 6 showed the simulated phase noise of the oscillators 
at 1-MHz offset from 2.5-GHz carrier frequency. The phase 
noise of the oscillator using the proposed delay cell showed 
2-3 dB improvement over the other oscillators, under the 
same power dissipation. Table 1 summarizes and compares 
the simulated performance of the 3-stage oscillator realized 
with different delay cells.

Tested Delay Cells



Fig. 7 compares the phase noise of the three oscillator at 
1-MHz offset from the carrier frequency. It can be seen that 
the oscillator with the proposed delay cell can achieve better 
phase noise over a wide range of carrier frequencies. Table 1 
summarizes and compares the simulated performance of the 
3-stage oscillator realized with different delay cells.

Table 1: Simulated performance of the 3-stage ring 
oscillator realized with the delay cells in Fig. 1.

Performance VCO with
Fig. 1(a)

VCO with
Fig. 1(b)

VCO with
Fig. 1(c)

Pdiss (mW) 0.2-2 0.4-2 0.2-2
Frequency tuning 
range (GHz)

0.39-3.68 1.7-3.85 0.7-3.57

KVCO (GHz/V) 3.1 2.7 2.5
Phase noise 
(dBc/Hz @ 1MHz 
offset from 2.5 
GHz carrier)

-76.5 -76.7 -78.8

Fig. 4 Simulated frequency tuning characteristics of the 
oscillators using the delay cells in Fig.1(a), Fig.1(b) and 
Fig.1(c).

Fig. 5 Simulated signal swings of the oscillators in Fig. 
1(a),Fig.1(b) and Fig.1(c).

Fig. 6 Simulated Phase noise of the ring oscillators in Fig. 
1.(a),Fig.1(b) and Fig.1(c).

Fig. 7 Comparison of phase noise values at 1-MHz offset 
from the carrier.

4. CONCLUSION

A new current-starved delay cell is proposed to enhance 
signal swing and phase noise performance of a ring 
oscillator. A 3-stage ring oscillator was designed to test the 
performance of the proposed delay cell, compared with two 
existing delay cells. Simulation results of a 2.5-GHz 
oscillator showed that the proposed delay cell was able to 
provide a larger and more constant signal swing over the 
frequency tuning range. A 2-3 dB phase noise improvement 
was achieved with the oscillator using the proposed delay 
cell, under the same power dissipation and oscillation 
frequency. Therefore the proposed delay cell can be used to 
improve phase noise performance with no extra cost.
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